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A DC level shift is again
required as the average
output voltage is at 50% of
the supply voltage and the
average input voltage close
to ground. This is again
realized by means of capaci-
tors CCM .

Note that the switches are
such that the outputs of the
opamp are at VDD , not to
forward bias the junctions of
the switch transistors.

2138
The schematic of the 3rd-
order Delta-Sigma con-
verter is shown in this slide.
A single-loop topology is
selected as it consumes
somewhat less power than a
2–1 cascaded topology.
Moreover, the gain require-
ments per stage are less
severe.

The coefficients have been
obtained from Matlab simu-
lations. Care is taken to
optimize the output swings
for all integrators. For an
input swing of 0.2 V, the

output swings are respectively 0.36, 0.5 and 0.5 V.
In order to avoid an additional opamp to set the timing of the clocks right, half delays are

introduced. They are digital and consume very little power.

2139
The opamp used is a class-AB amplifier as shown in this slide. Class AB is preferred as it lowers
the quiescent current.

It contains two input transistors M1 and M2 and a low-voltage current source M2, M3 and
M4. Transistors M2 serve as a source follower as its current is constant and equal to IB1 . This
is ensured by the feedback loop around transistors M2 and M3. As a result VGS2 is constant as
well. Input voltage Vin2 is transferred unattenuated to its Source.



L ow-power sigma-delta AD converters 657

Input transistor M1
receives thus the differential
input voltage Vin1−Vin2 as
its VGS . This voltage is con-
verted into a signal current
by transistor M1 only. In
this amplifier, only one
single transistor M1 con-
verts the differential input
voltage into a current.
Moreover this transistor
provides a class-AB
characteristic.

The signal current flows
through transistors M3 and
is mirrored out by transistor
M4. It can also be taken out

at the Drain of transistor M1 as shown in the full schematic, shown next.
Finally, note that this amplifier can operate on less than 1 V supply voltage. It only takes one

single VGS and VDSsat to operate properly. If a VT is taken of 0.6 V and a VDSsat of 0.2 V, then
the minimum supply voltage VDD is 1 V. If however, a VT is available of 0.3 V, then VDD can be
as low as 0.7 V. This is quite low indeed!

2140
In the full schematic, the
differential nature is clearly
recognized.

Input pMOST transistors
M1b and M1c carry out the
input voltage to current
conversion. The signal cur-
rent through transistor M1b
is now fed to the output by
current mirror M2a and
M3a , but also by current
mirror M5b and M6b . A
differential output current is
therefore obtained.

Common-mode feedback
is applied as currents

injected at the Drains of transistors M5a and M5b .
The opamps can be switched in and out by disconnecting all connections to the power supply

lines. This ensures a very fast recovery time.
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2141
The class-AB characteristics
are clearly visible in this
slide. They give the
differential output current
versus differential input
voltage. They also show a
curved class-AB character-
istic.

The biasing currents IB
are only of the order of 1 mA.
The W/L ratio in the current
mirrors is about 120.
Relatively large output cur-
rents are now available.

In the first plot, several
values are taken of the input
transistors M1b and M1c .

The larger the input sizes, the steeper the characteristic.
In the other plot the biasing current IB is varied. As a result, the maximum output current

varies with it.
These two parameters allow shaping of the class-AB characteristic.

2142
Since this is a fully-
differential amplifier, CMFB
is required.

This is affected by two
sampling capacitors CCMS ,
which cancel out the
differential signal at their
summation point, which is
then fed to a differential
amplifier. As two different
currents are required to
close the feedback loop, one
side of the differential ampli-
fier is doubled.

In order to realize the
half-supply level shift,

capacitor CCMS2 is added, with equal size as capacitor CCMS .
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2143
The comparator for the
single-bit conversion is
shown in this slide.

The comparator consists
of a differential pair with
transistors M1, loaded by a
negative resistance (because
of the positive feedback)
with transistors M2. The
gain is sufficiently high to
cause a regenerative action
yielding a logic on one side
and a zero on the other. It
consumes about 6 mA.

In such a comparator,
normally a switch is re-

quired between the Drains of the input transistors M1. This switch is closed before the input
voltage is applied. As soon as the switch is opened, the regenerative action causes a logic one or
zero at the output, depending on the input signal.

Because of the low supply voltage however, such a switch is not possible. This function is
taken up by the two switches M3. When they are switched off, regenerative action takes place.

Note that the average input voltage is again close to ground.

2144
The input integrator does
not have a preceding opamp
which can be switched. The
input signal will now be lim-
ited in amplitude by the
input switch.

In this realization, the
supply voltage is 0.9 V. The
minimum voltage drive for
the input switch is about
0.65 V, barely larger than
the threshold voltage. As a
result, the maximum differ-
ential input voltage is about
500 mVptp .
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2145
The output spectrum for the
maximum input signal is
shown in this slide.

The noise floor at low fre-
quencies is quite low. The
integrated noise is shown as
well. For an input signal of
1 kHz, the SNR is about
76 dB.

Distortion is already
clearly visible, however.
Second-order distortion is
present because of the
single-ended input drive
used for this measurement.
The SNDR (signal to noise

and distortion ratio) is then only about 62 dB.
The bandwidth is about 16 kHz, corresponding to an OSR of 48.

2146
Both the SNR and SNDR
are given versus the input
signal, for a supply voltage
of 0.9 V.

It is clear that distortion
shows up at the high end,
limiting the SNDR to values
about 14 dB below the max-
imum SNR.

2147
A microphotograph of this realization is shown in this slide. The first integrator uses larger
capacitors (4 pF) to reduce the thermal kT/C noise. This means that for the first integrator the
thermal noise is about equal to the quantization noise. For the other stages, the sampling
capacitor is only 0.6 pF. A unit capacitor of 0.2 pF has been taken.

The power consumption has been minimized by reduction of the currents in the opamps to
their minimum. The current consumption of the first stage is larger (33 mA) than for the other
stages (6 mA). The current consumption of the CMFB amplifiers is about the same as for the
differential ones.
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Their GBW values are
only 2–3 times the clock fre-
quency. They are all 4 MHz,
to be compared with a clock
frequency of 1.5 MHz.

This means that for the
first integrator, the thermal
noise is about equal to the
quantization noise.

Remember that in a
switched-opamp approach
the current consumption is
halved by itself.

As a result, the power
consumption for this reso-
lution and this bandwidth of
16 kHz is very low. This will

be illustrated by the comparative Table at the end of this Chapter.

2148
Several other low-voltage
Sigma-Delta converters
exist, which all address the
problem of the series
switches and in particular of
the input switch.

They all operate at supply
voltages below 1 V.

The operating principles
are discussed next, followed
by some discussion on their
advantages and disadvan-
tages.

The unity-gain-reset prin-
ciple is first.

2149
In this principle, the opamp is always reset to ground. In this way, the input switch always has
the maximum VGS , even for small supply voltages.

In order to understand the principle, let us neglect the level shifters Vdd/2. Also, the voltage
presented by the previous integrator is called Vin .

During phase 1 (red), the charge on capacitor C1 is Q1 , which is C1Vin . The signal voltage at
the output Vout is zero as this opamp is connected in unity-gain configuration (except for a DC
level shift).
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During phase 2 (blue),
this charge C1Vin is transfer-
red to capacitor C2 . The
charge on this capacitor
changes by an amount
C1Vin such that the output
voltage Vout changes by an
amount VinC1/C2 .

During this phase the pre-
vious opamp is now reset to
zero, as it is connected
in unity-gain configuration
(except for a DC level shift).

Each opamp has zero at
its output during one phase
and the output voltage
during the other phase.

There is no problem with switches which have to pass a high signal level, and which have too
small a drive voltage VGS .

The disadvantage however, is that the output voltages have to swing over a large range for
each new clock phase. The Slew Rate must be quite high, leading to more power consumption
in the opamps.

2150
The opamp configuration is
shown in this slide.

It is a pseudo-differential
amplifier. It consists of two
equal but separate amplifi-
ers. Two stages are used for
high gain and for large
output swing.

The GBW and the SR are
quite high in view of the
clock frequency of 10 MHz.
The power consumption is
quite low.

Note that again DC
level shifters are required
between outputs and inputs.

For maximum output swing the average output voltage is 0.5 V (for a 1 V supply voltage)
whereas the average input voltage is close to ground. Such a level shifter can be realized by a
few switches and an additional capacitor, as shown before.
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2151
This integrator is used in a
second-order sigma-delta
modulator as shown in this
slide. Half-delays are used
for correct timing.

The input sampling
capacitance is 2 pF. The
maximum SNR is 78 dB for
20 kHz signal bandwidth
(clock at 10 MHz). The total
power consumption is 5.6
mW at 1 V supply voltage.

An 8 dB lower SNR is
obtained for a 50 kHz
input signal.

Note that the distortion is
quite low, at the cost of high current consumption in the amplifiers, however.

2152
Another low-voltage, low-
power Sigma-delta modula-
tor is discussed next.

It has been optimized for
low power and has been
realized in 90 nm CMOS. A
low-power opamp is used
with a class-AB output
stage.
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2153
A single-loop topology is
preferred for low-power
designs since it is less sensi-
tive to circuit non-idealities
such as low opamp gain,
switch resistance and capac-
itor mismatch.

A clock is used of 4 MHz
and an OSR of 100 to reach
a signal bandwidth of
20 kHz.

The coefficients are such
that the same output swing
is obtained for all integ-
rators, which is about 80%
of the reference voltage

(which is 0.6 V) at an input voltage of −3 dB.
The minimum-gain requirement is only about 30 dB. This is easily achieved by a low-voltage

opamp as discussed next.

2154
As an opamp a symmetrical
OTA is used.

Current starving is used
however, to increase the
gain (see Chapter 7). At such
a low supply voltage, too
little room is available for
cascodes.

Current starving means
that a DC current source
takes away most of the DC
current from the load tran-
sistors M2. As a result, the
AC impedance of these tran-
sistors increase, giving rise
to more gain. A large factor
B is used as well.

The first amplifier of this sigma-delta converter uses a k value of 0.8 and a B factor of 10.
Actually, factor k indicates what fraction of the current through the input transistor M1 is

taken up by the DC current source. The small-signal resistance 1/gm2 of transistors M2 increases
by a factor (1−k) in weak inversion, and so does the small-signal gain A.
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2155
Care must be taken how-
ever, not to increase the
small-signal resistance 1/gm2
too much. Indeed, a non-
dominant pole pnd is formed
at this node.

This pole pnd must be
kept at 3 GBW to ensure
sufficient phase-margin (see
Chapter 5). As a result, an
upper limit is established on
the value of k.

2156
The total opamp schematic
is shown in this slide.

The current-starving sym-
metrical OTA serves as a
first stage of a two-stage
amplifier. An output stage is
required to reach rail-to-rail
output swing. It is a class-
AB amplifier at the same
time.

It is a fairly simple
class-AB amplifier with a
main purpose of increasing
the Slew-Rate, without too
much distortion.

Node Bp is a fixed biasing
point, which determines the class AB operating point. CMFB is the output of a separate CMFB
amplifier, realized by switched capacitors.

For load capacitors of 6 pF, as used in the first integrator, the GBW is 57 MHz for only 80 mA
current consumption.

The gain is about 50 dB, which is a lot more than 30 dB.
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2157
The full schematic of the
sigma-delta modulator is
shown in this slide. The first
integrator takes most of the
current as it is designed for
6 pF sampling capacitors.
The other two integrators
only use 0.4 pF capacitors.
Their power consumption is
much lower. All common-
mode output voltages are
0.5 V, whereas the input
ones are 0.2 V.

All switches are imple-
mented as transmission
gates. Despite the low

supply voltage, sufficient VGS is available for all switches. Indeed, the threshold voltages are
about 0.3 V.

Vertical metal-wall capacitors are used with values of 1.7 fF/mm2. No horizontal capacitors
were available.

2158
The output spectrum for a
5 kHz input signal is shown
in this slide.

A peak SNR is reached of
85 dB while the peak SNDR
is 81 dB.

The consumption is then
130 mA (at 1 V supply volt-
age) for the analog part

and 10 mA for the digital
part.
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2159
Both the peak SNR and
SNDR are shown in this
slide.

They reach values of 85
and 81 dB respectively.

The reference voltage is
0.6 V.

2160
Other low-power sigma
delta converters are dis-
cussed. They again address
the input switch to improve
the SNDR ratio.

In this one, a series resis-
tor is used at the input,
which replaces the input
switch.
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2161
In the switched-capacitor
integrator, shown in this
slide, the input switch is
replaced by a resistor R. On
phase W1P the sampling
capacitor CS is charged to
the output voltage of the
first opamp. On phase W2
the charge is then transfer-
red to integration capacitor
CI .

The use of this resistor R
has several advantages. First
of all, it avoids the need to
use a switch. This switch is
difficult to drive because of
the low supply voltage.

Moreover, the linearity is quite high provided the ON-resistance of switch W1P can be
made small.

The drawback is that an additional time constant RCS comes in, which may limit the high-
frequency performance. This is a low-frequency solution.

2162
For low supply voltages, it
is difficult to maintain the
input common-mode volt-
age constant during the
switching. In order to sup-
press this change in
common-mode input volt-
age, several solutions exist.

In the top one, a capacitor
CLs is added, connected to
the supply lines. It acts as a
DC level shifter, as pre-
viously described.

In the solution at the
bottom, the input resistor R
and sampling capacitor CS

are doubled, allowing the cancellation of the input common-mode voltage. This results in less
kT/C noise.
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2163
The sigma-delta converter
itself is a fourth-order
MASH 2–2 converter. In
the first second-order loop,
the loop filter only pro-
cesses the quantization
error. The signal amplitudes
are therefore much smaller
and much lower distortion
levels are obtained. As a
result, the second stage does
not contain the signal any
more. No additional sub-
traction is now required in
the coupling between both
stages.

It is clear from the coefficients used, that the feedforward causes quantization noise only in
the feedback loop.

2164
The circuit implementation
is shown in this slide.

The switched input resis-
tors are easily found.
Everything is fully differ-
ential. The CMFB is applied
through the capacitors
CM1.

On phase W1P the signal
is sampled onto sampling
capacitors CS1 . On phase W2
the charge is then transfer-
red to the integration capac-
itors CI1 by connecting the
bottom plate of each capaci-
tor to VDD or VSS (which is
ground).
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2165
The measured SNDR is
shown in this slide. The
SNR is the same, since the
distortion is very low up to
the reference voltage. This
means that both the supply
voltage and the reference
voltage are 0.6 V. For an
input voltage of 0.6 Vptp a
SNDR is obtained of 78 dB.
This is quite impressive
indeed.

The maximum signal band-
width is about 24 kHz. It
has been realized in 0.35 mm
CMOS and consumes only
1 mW at 0.6 V.

2166
The main advantage of
feedforward is that only
quantization noise is pro-
cessed by the feedback loop.
As a result, the input swing
can be made larger without
distortion. This is also the
case in the next and last
sigma-delta modulator of
this Chapter.
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2167
Full feedforward means that
the input signal is fed
directly to the quantizer. As
a result, the noise transfer
function He (z) is the same as
in a conventional topology
but the signal transfer func-
tion Hx (z) is unity. This sug-
gests that the distortion is a
lot less in the full-feedfor-
ward topology.

Indeed, the signal goes
directly to the quantizer
without passing through the
loop filter integrators. These
filters only process the

quantization error, which is much smaller in amplitude than the signal itself. The distortion will
be a lot less indeed. The overload level can be higher and so is the dynamic range.

2168
A 4th-order single-bit
sigma-delta converter with
full feedforward is shown in
this slide. Eight gain coeffi-
cients have to be deter-
mined, which is only
possible by optimization of
the SNR and by equaliza-
tion of the swings at the
integrator outputs. This is
achieved by means of behav-
ioral simulation. One of the
many possible solutions is
indicated.

Remember that the signal
gain is unity and that the

loop filters only process the quantization noise. This reduces the distortion considerably, as
shown next.
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2169
First of all, the gain itself
can be relaxed from 60 to
30 dB, which is easily
achieved, even in nanometer
CMOS at 1 V supply
voltage.

Moreover, the effect of the
distortion is much smaller.

The gain of each opamp
is modeled as given by

A=A0 (1+a1vo+a2vo2)
in which the a1 represents
the second-order non-lin-
earity and a2 the third-
order one.

It is shown in this slide that for equal nonlinearities in the opamps, full feedforward considerably
reduces the distortion at the output. Only a modest gain of 40 dB is used. This is not sufficient
for a conventional sigma-delta converter, but more than sufficient for the full-feedforward one.

2170
This is also evidenced by
investigating the signal
levels at the outputs of the
four integrators.

In a conventional topol-
ogy the signal swings are
high at each output node. In
a full-feedforward topology
the signal swings are much
smaller as they mainly con-
tain the quantization errors.
The distortion generated by
these opamps will thererfore
be a great deal smaller.
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2171
The opamps used in full-
feedforward configuration
can now have less gain;
30 dB is sufficient.

The opamp schematic is
shown in this slide.

It is a conventional two-
stage opamp with a tele-
scopic cascode at the input.
The settling time has been
optimized. A switched-
capacitor CMFB is used.

The first one reaches a
GBW of about 200 MHz
and consumes 4 mA at 1 V.
The load capacitor is now
about 3 pF.

2172
The circuit schematic of the
4th-order sigma delta con-
verter is shown in this slide.

The four stages are clearly
seen. All switches are imple-
mented as transmission
gates. Since the threshold
voltages are only about
0.35 V (in this 0.13 mm
CMOS technology), there is
no need for clock boosting
circuitry.

The capacitors are real-
ized with sandwich struc-
tures using five layers. As a
result, the capacitance is
0.35 fF/mm2.

Clocked at 64 MHz, the modulator consumes 6.1 mA in the analog part and 1.3 mA in the
digital part including the output buffer. The reference voltage is 0.8 V, with a supply voltage of
1 V. The oversampling ratio is 64, resulting in a 0.5 MHz maximum signal bandwidth.
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2173
The output spectrum shows
the response of a 100 kHz
sinusoidal input signal. A
peak SNR of 86 dB has been
obtained.

The maximum signal ban-
dwidth is 500 kHz.

2174
The maximum SNR is
86 dB but the maximum
SNDR is reduced to about
75 dB. This is a result of the
distortion generated in the
feedforward switch, which
has to handle the full input
signal swing. This must be
improved further.

2175
As a conclusion, a table is made up for comparison. A Figure of Merit is used as in Rabii (JSSC
June 97, 783–796).

Only low-power sigma-delta converters are considered in the top list. After the name the year
of publication (in the JSSC or ISSCC) is given. The type mentions which technique is used to
arrive at 1 V supply voltage.

SwR stands for switched-resistor, SO for switched-Opamp, LV for reduced threshold voltage,
VM for voltage multiplier.

The supply voltage is listed, followed by the dynamic range, bandwidth and power
consumption.
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This shows that for
supply voltages of 1 V and
below, Yao04, Peluso98 and
Dessouky01 are the best.

On the other hand, the
lowest supply voltages have
been reached by Ahn05
(0.6 V) and Sauerbrey02
(0.7 V). Quite often, this
deals with a reduction of the
absolute value of the thresh-
old voltage, however.

In the second list, a series
of high-frequency sigma-
delta converters are added.
It is clear that only a few of
them operate at 1 V supply

voltage or less. Moreover, the FOM’s are in general, higher. This illustrates that compromises
have to be taken to be able to reach a 1 V supply voltage or less.

2176
If only the supply voltage
itself is taken as a measure
for comparison, the graph in
this slide results.

Again, the lowest supply
voltages have been reached
by Ahn05 (0.6 V) and
Sauerbrey02 (0.7 V). The
two techniques used are also
indicated, i.e. gate boost-
ing and reduced threshold
voltages.
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2177
In this Chapter, an overview
is given of the techniques
which are available to
reduce the supply voltage
and the power consumption
in sigma-delta converters.

The main problem at low
supply voltages is the input
sampling switch and the
increase of the distortion.
This can be remedied by the
switched-opamp technique
and also by a number of
clever circuit techniques.

They have all been dis-
cussed and compared for a
generally accepted FOM.



221
Oscillators are required as
references of frequency. All
clocks are for (micro)proces-
sors but all timing circuits
also need a clock.

The highest precision is
obtained by using a crystal
as a reference. Without a lot
of effort, 0.1% precision is
easily achieved.

This is why we start this
chapter with crystal oscilla-
tors. It will be shown that
only one single transistor is
required to make a crystal
oscillator.

222
Before this oscillator is
designed, we have to review
the oscillation conditions.

After this we will have a
look at what the electrical
model is of such a crystal.
It can now be used to
construct a single-transistor
oscillator with minimum
power consumption.

Both MOST and bipolar
transistors can be used to
realize this kind of
oscillator.

Finally, the principles of
oscillation can be extended

to construct other types of oscillators, such as VCO’s, etc.

223
An oscillator is a kind of feedback amplifier. The signal that is fed back is exactly what the
amplifier requires, to sustain oscillation. Its input is now zero.

This is called the Barkhausen criterion.
The amplifier has a gain A( jv) which depends on frequency. Also, the feedback block has an

attenuation F( jv) which is frequency dependent. The loop gain F( jv)A( jv) must be large enough
so that the signal vf which is fed back, exactly equals v

e
, which is required.

As a consequence, the loop gain must be slightly larger than unity in amplitude and its
phase zero.

677
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This means that A( jv)
must be an amplifier if F( jv)
is an attenuator. This also
means that F( jv) must be
inductive if A( jv) is capaci-
tive. All amplifiers that we
have seen contain capaci-
tances. As a consequence,
we are looking for an induc-
tor for F( jv).

Clearly, these two condi-
tions are a result of the com-
plex nature of both A( jv)
and F( jv). Complex num-
bers are always pairs of
numbers!

224
Another way to write the
Barkhausen criterion is
given by the split analysis.

The amplifier is now rep-
resented by the impedance
Zcircuit and the feedback ele-
ment by the resonator
impedance.

As the circuit maintains
oscillation by itself, no cur-
rent is needed from outside.
Its total input admittance is
zero. The sum of the imped-
ances must also be zero.

The Barkhausen criterion
can now be stated as given

by the two expressions in this slide. Rather than the amplitude and phase, the Real and Imaginary
parts are used now. They are obviously related as reminded in the Appendix.

We will see later, that the first expression determines the minimum gain required, and the
other the actual frequency of oscillation.
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225
Now that the conditions for
oscillation are understood,
let us find inductors to form
a feedback loop with capaci-
tive amplifiers. We know
that they can form an oscil-
lator together.

The first inductor we will
use is the one embedded in
a crystal.

226
A crystal consists of a plate
of piezoresistive material
with a certain thickness d.
Piezoresistive material
allows exchange of mechan-
ical and electrical energy.
Examples are quartz and
ZnO and some nitrides.
Application of a mechanical
pressure to it, generates a
voltage across it and vice
versa.

This exchange of energy
is particularly efficient at
one particular frequency,
called the resonant fre-

quency fs . This frequency is inversely proportional to the thickness of the quartz. Values of
100 kHz to 40–50 MHz are commonly fabricated. For higher values, the quartz becomes too
thin and fragile.

Around this resonant frequency the electrical model of this crystal is a series resonant LRC
circuit, the resonant frequency of which is fs . It is damped by the series resistor Rs , which causes
the quality factor Q to be finite. All relevant expressions are given in this slide.

Note that at resonance, the impedance of the inductor equals that of the capacitance. Actually,
at resonance the series RLC circuit is just Rs , itself. The inductor Ls and capacitor Cs cancel
each other.

In addition to this series RLC circuit, which represents the electro-mechanical operation of
the crystal, a plate capacitance Cp has to be added. It is the capacitance between the two plates
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used to contact the crystal, with the dielectric constant of quartz (4.5 times larger than air). It
includes the package and mounting capacitances as well.

227
For example, a crystal of
10.00 MHz can be modeled
by a series LRC with an
inductance of about 10 mH
in series with 26 fF and a
damping resistor of 5 V.
Note that the inductors are
fairly large and the capaci-
tors very small. A rule of
thumb says that they are
about 1/200 to 1/250 of the
package capacitance Cp .
Plate or package capaci-
tances are always of the
order of magnitude of pF’s.
The series capacitance Cs is
always in the fF range.

The resistors are very small because the quality factors Q are so high, of the order of 105!
It is clear that the package capacitance Cp also forms a parallel resonant circuit with Ls . We

have both a series and a parallel resonant circuit!
We will try to make an oscillator at the series resonant frequency fs however, as this is the

internal crystal frequency, independent of the package or mounting.

228
To recall what series and
parallel resonance means,
both are sketched in this
slide.

Both have the same
expression for the resonant
frequency fr .

The impedances versus
frequency look very,
different however.

A series resonant circuit
has a sharp null at reso-
nance. At resonance the
impedance is reduced to the
resistor R. The crystal is
purely resistive.

For frequencies lower
than fr , the impedance of the capacitor increases and therefore determines the current. The
impedance is capacitive, and the phase becomes −90°. For higher frequencies, the impedance
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turns inductive, and its phase 90°.
A parallel resonant circuit has a sharp peak at resonance. At resonance, the impedance is

limited by the resistor R. The crystal is again purely resistive.
For frequencies lower than fr , the impedance of the inductor decreases and therefore determines

the current. The impedance is inductive, and the phase becomes 90°. For higher frequencies, the
impedance turns capacitive, and its phase −90°. This is exactly the opposite compared to a
series resonant circuit.

229
Let us now return to the
crystal and plot its imped-
ance versus frequency. It is
given in this slide.

It is clearly described by
a third-order expression and
is plotted below.

In general it shows the
impedance of the package
capacitor Cp . It decreases
with frequency indeed.

Around the resonant fre-
quency, we notice a null and
a peak however, very close
together. The null comes
first and will represent the

series resonance with resonant frequency fs , whereas the peak will represent the parallel resonance.
Let us zoom in, in this region.

2210
Now the resonant frequen-
cies are easily distinguished.
The series resonant fre-
quency fs is the smaller one.

The values have actually
been calculated for the crys-
tal given.

The top diagram shows
the amplitude, whereas the
bottom one shows the
phase.

The crystal behaves as a
capacitor at the left of the
series resonant frequency fs
and at the right of the paral-
lel resonant frequency fp as
explained before.
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However, between both resonant frequencies the crystal behaves as an inductor. The transitions
are very steep because the quality factor is so high. The crystal now behaves as an inductor from
the series resonant frequency fs to the parallel resonant frequency fp .

We will use this inductor to make an oscillator together with a capacitive amplifier. We want
this oscillator to operate as close as possible to the series resonant frequency fs as this is the
frequency which is the closest to the internal electromechanical operation of the crystal. Moreover,
it is the frequency which is the least dependent on the package and mounting capacitances,
which are hard to predict.

We will see however, that it is impossible to make an oscillator at the series resonant frequency
fs . It would take infinite current! We will try to be as close as possible however, depending on
the current that we are allowed to use. This will be the only free design choice!

2211
The actual expressions of
the series resonant fre-
quency fs and the parallel
resonant frequency fp are
given in this slide. The series
one is as described in this
slide. The parallel resonant
frequency fp on the other
hand is determined by both
capacitances in series, as
clearly found by inspection
of the model. This frequency
is always somewhat larger
than the series one. If we
find that Cp is about 200
times larger than Cs , then

vp2 is approximately 0.5% larger than vs2. Also, vp is now about 0.25% larger than vs .
The impedance of the series RLC circuit can now be described as given in this slide. We will

rewrite this impedance now after introduction of the pulling factor p.
This pulling factor p is the dimensionless parameter which says how far the actual operating

frequency is from the series resonance frequency fs .
Introduction of this factor p and of the frequency fs , gives another expression of the impedance

of the series RLC circuit. It says that this impedance is a resistor Rs in series with an inductor.
This inductor is larger the more we deviate from series resonance. We will use this simple model
to find the oscillation condition of the oscillator.

2212
The terms series or parallel resonance are often attributed to the circuit configuration. We will
see that this is wrong, however!

Series and parallel resonance have only to do with the operating point of the oscillator.
For zero or very small pulling factor p, the operating point is close to fs . In this case, we

clearly have a series oscillator. For a fairly large p, the operating point is close to fp . We will
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call this a parallel oscillator,
although Cs is still 200 times
more important than Cp for
the determination of the
oscillation frequency.

The point in the middle is
the crossover value fm ,
between series and parallel
resonance. Since at fp we
had a pulling factor p of
about 0.25%, the point in
the middle must have a pull-
ing factor of about half or
0.125%.

We can now conclude
that the pulling factor p
must be less than about

0.1%, to have a oscillator with good stability and predictability!

2213
Let us now apply the oscilla-
tion condition to the combi-
nation of a single-transistor
amplifier, which is capaci-
tive, and a crystal, which is
inductive.

The main question is,
which circuit components to
use to set the pulling factor
at sufficiently low values.

Clearly one single transis-
tor can provide sufficient
gain to carry out this task.
For a differential operation
we would need two transis-
tors. Obviously if one trans-

istor can do it, many more transistors can also do it. Many transistor oscillators now exist.
There is only one single-transistor oscillator, however.

2214
This circuit is shown on top. The crystal is connected between Drain and Gate to provide gain.
The biasing components are omitted.

This basic single-transistor oscillator gives rise to three different oscillator circuits depending
on which node is connected to ground. The output terminals obviously also depend on which
node is connected to ground.

In the Pierce oscillator, the source is grounded such that the transistor seems to function as



684 Chapter #22

an amplifier. At resonance,
the crystal behaves as a
small resistor. The voltages
at the Drain and at the Gate
are almost identical. The
output can therefore be
taken either at the Gate or
at the Drain.

In the Colpitts oscillator,
the Gate is grounded. The
crystal is also grounded. It
is a single-pin oscillator with
the crystal connected to the
Drain. The transistor looks
more like a source follower.
The output can only be
taken at the Source. Indeed

the Drain only carries a very small signal as it is connected to ground by the crystal, which
behaves as a small resistor.

In the third oscillator, the Drain is grounded. It is a single-pin oscillator with the crystal
connected to the Gate. The transistor looks more like a cascode. The output can only be taken
at the Source again. The Gate is connected to ground by the crystal, which behaves as a small
resistor. The current output can also be taken by insertion of a current mirror in the Drain to
ground connection.

2215
The analysis of the oscilla-
tion condition now applies
to all three configurations.

For this purpose, the
package capacitance Cp is
included in capacitance C3 .
The transistor capacitance
CGS is included in C1 and
the total output capacitance
is C2 .

What value of gm is
required for sustained
oscillation?

We carry out a split
analysis with the crystal on
one side and the circuit with

all three capacitances on the other side.
Barkhausen requires the sum of both impedances to be zero, which can be written in both the

Real and Imaginary part.
Since the Real part of the crystal impedance is only Rs , we find that the circuit must present
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a negative resistance Re(Zc ) equal to −Rs . This will yield a minimum value of transconduct-
ance gm .

Also, the imaginary part of the crystal must equal the negative Imaginary part of the circuit
Im(Zc ). Since this is an inductor, the circuit must present a capacitance, as expected. This
expression will yield the actual oscillation frequency or the pulling factor p.

2216
To avoid having to solve
complicated expressions, we
resort to a graphical
method. The impedance Zc
presented by the circuit is
plotted in the polar
diagram.

It is a half circle (see
Appendix Polar diagrams)
which starts on the
Imaginary axis for zero gm
and ends up on the same
axis for infinite gm . Where
this half circle intersects the
line of −Rs , the first
Barkhausen oscillation con-

dition is satisfied. Indeed, in this point A, the circuit presents a negative resistance −Rs , which
exactly compensates the damping resistor Rs of the crystal. Oscillation is therefore guaranteed.

Moreover, the second Barkhausen condition teaches us that in point A, the Imaginary part
gives the pulling factor and therefore the actual frequency. This Imaginary part is very close
however, to the Imaginary part at zero gm . This latter one is easily calculated as it is a combination
of capacitances (see Appendix Polar diagrams).

Stable oscillation is achieved for a well defined crossing point A. The circle must be large,
which now requires a small capacitor C3 .

For a small pulling factor p, we need to have large capacitors C1 and C2 . They are usually
taken at the same. Large capacitors C1,2 will require a large current, however. This is the
compromise to be taken!

2217
A numerical example is shown in this slide. Also, the expressions of the pulling factor pA and
the transconductance gmA at point A are added (see Appendix Polar diagrams).

Capacitance C3 is taken to be as small as possible. It cannot be smaller than the crystal
package capacitance, however!

The circle has a diameter of 12 kV. For zero gm , the Imaginary part is −4 kV. Point A is
actually much closer to the Imaginary axis than drawn, since Rs is relatively small.

At point A, the transconductance gmA is 11 mS, and increases along the half circle to infinity.
It is obviously proportional to the damping resistor Rs , and also to the square of capacitor C1
(=C2 ) and the series resonance frequency. The realization of a GHz oscillator will require a
large current!
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The pulling factor pA is
about Cs/C1 . It can only be
made small by increasing
C1 , which increases gmA con-
siderably indeed.

The choice of C1 (=C2 ) is
the only design choice to be
made. It sets at the same
time the pulling factor and
the current consumption.

2218
What amplitude can now be
expected from such an oscil-
lator? Remember that the
amplitude at the Gate and
Drain (with the Source as
reference) are just about
equal, as Gate and Drain
are nearly shorted together
by a small resistor Rs .

The Gate voltage is
related to the Drain current
by the transconductance.
Separating DC and AC
components gives an expres-
sion, in which the peak-
to-average current ratio

Ids/IDSA appears and the VGS−VT .
This ratio depends on how much the transistor is overdriven. For large overdrive or large

oscillation amplitude, the current is very nonlinear. This ratio can now be fairly large.
The transistor must certainly be designed for large VGS−VT . This is a problem for bipolar

circuits unless some emitter resistors are inserted. Also, weak inversion operation yields only
small signal voltages.
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2219
The startup time constant is
determined by the inductor
and by the negative resis-
tance, seen by it. The mini-
mum time constant is
obtained for the maximum
resistance Re(Zc ) at gmmax .
This is the radius of the
half circle.

Substitution of the induc-
tance yields an expression
which shows that the
startup time constant is
about 400 periods. We have
assumed that the minimum
C3 equals the package

capacitance, which is about 200 times Cs .
In order to reach quiescent operation (within 5%), about 3 time constants are required or

1200 periods. A crystal oscillator is therefore a very slow starter!
This is the same as saying that crystal oscillators have very high quality factors!

2220
The power dissipation in the
transistor and in the crystal
depend to a large extent on
the values of the capacitors
chosen.

For capacitors C1 in the
order of magnitude of pF’s,
the currents are quite small.
The power dissipation is
then quite small and no self
heating is expected.

Only when large values of
C1 are selected, to be as
close as possible to the series
resonance frequency, the
currents rise with the square

of the capacitance value. The power dissipation then rises quickly as well.
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2221
From the discussion, it is
easy to derive a design
procedure.

A crystal is characterized
by its two resonance fre-
quencies, the series resistor
and the package capaci-
tance, which are all easily
measured. We first choose
the capacitor C3 as small as
possible. Obviously, it
cannot be smaller than the
package capacitance Cp .

We now have to select a
value for 2CL=C1=C2 as a
compromise to reduce the

pulling factor and to avoid too much power consumption.

2222
The required transconduct-
ance is then easily
calculated.

As a starting value we
take about ten times more
transconductance.

The VGS−VT will deter-
mine the current itself and
the output amplitude. A
large value is selected.

Finally, if we want to con-
nect the Gate of the oscilla-
tor to a biasing voltage over
a resistor RB , we have to
make sure that the addi-
tional damping due to this

resistor is negligible. It must be sufficiently large. This expression is taken from Ref. Vittoz (see
slide 15).
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2223
Let us now consider how
these three types of ground-
ing can be realized.
Attention is paid to biasing
as well.

Simple discrete realiza-
tions are considered first.

2224
A Pierce oscillator is best
biased by a current source
IB and a Gate biasing resis-
tor VB .

This current source is the
best guarantee that the cir-
cuit is isolated from the
supply line. Otherwise, the
oscillator will superimpose
spikes at the oscillation fre-
quency on all supply lines
connected to it.

A CMOS realization is
shown on the right. The
crystal is connected between
Drain and Gate, which

makes it a Pierce oscillator. Also, the capacitances are indicated.
The current source IB is set by an external current, which is determined by an Automatic-

Gain-Control system. Such a system measures the output signal and adjusts the DC current to
keep the oscillator at point A.

The output signal is taken by duplicating the amplifier transistor. In this way the load at the
output cannot influence the oscillation condition.

One subtlety is capacitor C3. Actually, it is in parallel with capacitor C1 and smoothens
somewhat the output current.
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2225
An example of a Colpitts
oscillator is shown in this
slide. Indeed it is a single-
pin oscillator with the crys-
tal connected to the Drain.

Again, it is biased by a
current source IB to provide
adequate isolation from the
supply line.

A discrete equivalent is
shown on the right. The cur-
rent source is replaced by a
‘‘choke’’ or large inductor.
The capacitors are exactly
where they are expected.

The output voltage is
taken at the Drain, as shown by most publications. It may not be the best place, however. At
resonance, the crystal is a little more than a small resistor. The signal swing at the Drain is
therefore quite small.

A better output node is the Source or Emitter, between capacitors C1 and C2 .

2226
The third type of oscillator
is shown in this slide. Some
more recent references are
added on these integrated
oscillators.

It is again a single-pin
oscillator but now with the
crystal connected to the
Gate.

The Source is now the
output. The transistor is
biased by a current source,
which is part of an
Automatic Gain Control
system, as will be discussed
later.

The output can also be taken by a current source inserted in the Drain. Since the Drain is
grounded, this is a very elegant way to obtain an output signal without disturbing the oscilla-
tor itself.

Both last oscillator types are single-pin oscillators. This means that the crystal is grounded.
This may add more parasitic capacitance in parallel to the crystal however than in the Pierce
oscillator. This is why Pierce is often preferred despite the fact that it requires two pins for
the crystal.
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2227
Let us now observe some
full oscillator circuits.
Circuitry is added to pro-
vide AGC but also to buffer
the output.

2228
A practical realization of a
Pierce oscillator is shown in
this slide.

Transistor M1 is the
actual oscillator amplifier.
The capacitors C1 and C2
are indicated. Capacitor Cc
is a coupling capacitor to
separate DC and AC. The
output is take at the left side
of the crystal.

The current is set by tran-
sistor M2, which is part of
an AGC system shown on
the next slide.

The biasing resistor RB is
now represented by transistor M6. It is biased at zero VDS such that its resistance can be quite
high although inaccurate. This is achieved by connecting two diodes to the Gate of M6. Both
Source and Drain of M6 are at one single VGS below the supply voltage.

The numerical values indicate that all capacitances are quite small in order to limit the power
consumption to a minimum. All transistors work in weak inversion!

2229
The AGC circuit is now easily found. It is called an Amplitude Regulator.

The output of the oscillator, at the left of the crystal, is connected to the Q1 input of the AGC
circuit, in series with a coupling capacitor C7. It is also connected to the Q1 input of the Output
Amplifier, towards a series of inverters.
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In the Amplitude Regul-
ator, the input Q1 drives the
Gate of transistor M3,
which operates somewhat as
a rectifier. When a MOST is
overdriven, its average cur-
rent increases, which is a
measure for the input volt-
age amplitude.

This simple rectifier is fol-
lowed by a low-pass filter
made up by capacitors C4
and C5 and transistor M39.
This latter transistor oper-
ates as a large resistor
because its VDS is again zero.

The voltage at transistor
M5 is now converted to a current, by use of resistor R7, and fed back to the oscillator transistor
M1 by means of current mirror M6–M2.

The AGC loop works as follows. When no signal is present, the Gate voltage of M5 is fairly
low and a large current is sent to M1. When the oscillation has come up, more current is flowing
through M3 such that the gate of M5 increases. As a result, the current in M3 decreases and so
does the current in M1. In equilibrium, the AGC circuit maintains the minimum current for
which oscillation is sustained, which corresponds with point A.

2230
Another practical oscillator
of the third type is shown in
this slide. It is a single-pin
oscillator, with the crystal
connected to the Gate.

The output current is
measured at the Drain of
transistor M1. The output
stage is a wideband
amplifier.

The AGC amplifier is
shown at the right of the
output terminal. A differ-
ential pair is used as a recti-
fier with just one capacitor
as a low-pass filter. The

output current is now sent to the oscillator transistor M1.
All numerical values are added to allow the reader to fully explore this circuit.
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2231
A negative resistance can be
generated by a single tran-
sistor amplifier but obvi-
ously also by a few more
transistors. One example is
given which uses CMOS as
a technology. Many more
will be discussed later, which
are realized in bipolar
technology.

In general, positive feed-
back always gives rise to
negative resistances. In the
example in this slide on the
left, the negative resistance,
because of the positive feed-

back, must be sufficiently large to compensate for the positive resistor in the crystal, to sustain
oscillation. The minimum transconductance is obviously the same as before. However, this circuit
is unstable for DC operation. A better realization is shown on the right.

At all frequencies, except around the crystal frequency, the negative feedback with gm2 is
dominant over the positive feedback with gm1 . As a result, the circuit is stable. At the frequency
where the crystal offers a large impedance, the positive feedback dominates and the oscillation
is sustained.

If the design is such that gm1/C1=gm2/C2 , and gm1=gm2 , then the transconductance is again
given by the expression in this slide.

2232
The circuit realization is
shown in this slide. The two
gm blocks are the two input
MOSTs of the differential
pair M1/M2. The capacitors
C1 and C2 are realized by
means of MOSTs.

The AGC is carried out
as follows. If the signal
amplitude at node 1 is small,
then diode D1 is always
reverse biased.

If the amplitude rises,
then the diode becomes for-
ward biased for the negative
tips of the sine wave. This

threshold is set by the reference voltage at node 3.
Because of the forward biasing of diode D1, the voltage at node 3 is pulled down. The current

in transistor M3 decreases. The transconductances gm1 and gm2 also decrease.
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The capacitance of transistor M3 reduces the ripple at node 3.
A point of equilibrium is reached in this way, which depends on the voltage at node 3.

2233
Of course it is also possible
to realize crystal oscillators
by means of CMOS invert-
ers as amplifiers. A few
examples are given in this
slide. Since the gain is usu-
ally too high, resistors are
added to reduce the gain.
Moreover, resistors are
added in series with the out-
puts to limit the output cur-
rents. If not, large current
spikes are drawn from the
supply voltage, which causes
large voltage spikes on the
supply voltages. They prop-

agate to all other circuits connected to the same supplies. As a result, the Power-supply-rejection-
ratio is poor.

Moreover the gain setting is not so precise. The transistors are always largely overdriven. The
oscillation frequency is thus not precise at all, despite the high quality factor of the crystal used.

2234
Crystal oscillators are easy
to design with bipolar tran-
sistors. Actually, the oldest
crystal oscillators have been
made with bipolar devices
as discrete devices on a
printed circuit board. They
usually consist of one single
transistor with fixed biasing,
rather than with an AGC
circuit.
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2235
A Pierce oscillator is best
biased by a current source
IB and a Gate biasing resis-
tor VB .

A current source is used
to isolate the circuit from
the supply line.

A discrete realization is
shown on the right. It uses
a bipolar transistor. The
crystal is connected between
collector and base, which
makes it a Pierce oscillator.
Also the capacitances are
indicated.

The current source is
replaced by a large resistor RL . A resistor is used in the emitter for thermal stabilization. The
capacitor across it has to alleviate the gain reduction caused by the resistor.

The resistors R1 and R2 provide biasing to the base.
It is clear that such a circuit can never be biased exactly at point A of the polar diagram. It

has fixed biasing at a transconductance which must be a lot larger than gmA , to always ensure
oscillation. As a result, the power consumption is never minimum and the oscillation frequency
is not very precise.

2236
A Colpitts oscillator is again
shown in this slide. Indeed
it is a single-pin oscillator
with the crystal connected
to the Collector.

A discrete equivalent with
a bipolar transistor is shown
on the right. The current
source is replaced by a
‘‘choke’’ or large inductor.
The capacitors are where
they are expected.

The output voltage is
taken at the Collector, as
shown by most publications.
This is not the best place

however, as at resonance the crystal is little more than a small resistor. The signal swing at the
Collector is therefore quite small.

A better output node is the Emitter, between capacitors C1 and C2 .
The base is decoupled to ground to make it an AC ground. If not, the effective transconductance

would be reduced by the base resistances.
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A Heartley oscillator is very similar to this one. Both capacitances C1 and C2 are substituted
by inductances, and the crystal operates in the capacitive region. Needless to say that the
frequency region of operation is now much wider as the crystal has a much wider region where
it behaves as a capacitance.

2237
The third type of oscillator
is again a single-pin oscilla-
tor but now with the crystal
connected to the Base.

The Emitter is now the
output. The transistor is
biased by a current source,
which is part of an
Automatic Gain Control
system.

The output can also be
taken by a current source
inserted in the Collector.
Since the Collector is
grounded, this is a very ele-
gant way to obtain an

output signal without disturbing the oscillator feedback loop itself.

2238
Another example of the
same type of oscillator is
shown in this slide. It uses
high-speed SiCGe bipolar
transistors with fT’s up to
200 GHz. As a result, the
oscillation frequency is
really high, nearly 100 GHz!

Instead of a crystal a
series LC circuit is used, the
capacitance of which con-
sists of several capacitances
in series. One of them in
transistor Q2 can be tuned
by an external DC voltage.

The output is taken again
at the Collector, not to disturb the oscillation at the Base-Emitter nodes.
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2239
In bipolar technology, many
more oscillators have been
realized. They all use several
transistors and they all aim
at the realization of a nega-
tive resistance by means of
positive feedback.

In the circuit in this slide,
transistor Q1 is a cascode,
which provides voltage gain
at its Collector. Transistor
Q2 is just an emitter fol-
lower, which provides the
current through the small
series resistor Rs of the crys-
tal. The loop gain is there-
fore gm1RL .

As soon as RL is larger than Rs , the oscillation builds up. This is a good feature of this
oscillator. The signal amplitude is limited by the two diodes across the load resistor RL .

All three capacitors serve as (de)coupling capacitances. They are all large and present negligible
impedances at the frequency of oscillation.

2240
Another bipolar crystal
oscillator is shown in this
slide. It is again a single-pin
oscillator. The positive feed-
back is easily recognizable.
Indeed, a cross-coupled
transistor pair presents a
negative resistance of
−2/gm (see Chapter 2). This
resistance now compensates
the series resistance of the
crystal.

The output is nicely
buffered from the oscillation
circuit itself, by means of a
cascode.

The biasing is fixed. The amplitude is limited by the Base-Emitter diodes of the cross-coupled
transistor pair.

2241
Cross-coupling is used again in this high-frequency oscillator. This is a high frequency as the
bipolar transistors have an fT of only about 400 MHz.

The crystal is replaced by a parallel LC tank. The oscillation frequency is now close to the
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parallel resonance frequency
of this tank.

Cross-coupling is used to
generate a negative imped-
ance to compensate the par-
allel resistance across the
tank. Emitter followers and
diodes are used to increase
the output swing. This
signal amplitude is also
increased by insertion of
emitter resistances of 500 V.
Their gmRE factor is about
4. This is the answer of a
bipolar transistor to the
increase of the VGS−VT in
a MOST.

The biasing of the input devices is fixed. A safety margin must now be expected.

2242
Finally, some more oscilla-
tors are added.

They are not necessarily
crystal oscillators but other
types. Moreover, there are
quite often many more
transistors.

They have been added to
show that the principles dis-
cussed before, are still very
much applicable.

2243
This oscillator again uses an LC tank to set the oscillation frequency. The inductors are planar
spiral inductors. The capacitances are diode capacitances. They can therefore be tuned by
changing control voltage Vc . This is why they are called VCO’s. The tuning range must be large
enough to compensate for the variations on the inductor (20%).

For example, an inductor with about three windings, and with a hollow layout, is about 10 mm
long. Its inductance is about 10 nH. With a diode capacitance of 1 pF, the oscillation frequency
is about 1.6 GHz. Also, the minimum gmA is about 1 mS for a coil resistance RL of 10 V (Q=
10). For a VGS−VT of 0.5 V, this would require a transistor current of 0.25 mA.
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It is obvious that the GHz
range is easily achieved.
However, to go lower or
higher in frequency is a
problem.

One of the most impor-
tant specifications of such a
VCO is the phase noise.
This is mainly the thermal
noise of the transistors and
coil series resistors RL , con-
verted to sidebands of the
oscillation frequency. Since
this resistor RL is linked to
the transconductance gmA , it
is the main parameter in the
expression of the phase

noise. Actually, the term 4/3 is due to the transistor gm .
A rule of thumb for phase noise is −100 dBc/Hz at 100 kHz distance from the carrier. In this

example it is about −120 dBc/Hz at 100 kHz.

2244
A differential version of
the single-transistor Pierce
oscillator is shown in this
slide.

For low frequencies, the
impedance of the capacitor
C is too large and no oscilla-
tion can build up. At high
frequencies, it acts as a short
and a negative impedance is
presented to the crystal.

The resistors have to be
sufficiently high not to
dampen the oscillation.
They are better when re-
placed by current sources.

The current setting sources IB are better driven by an AGC loop, which measures the output
voltages. If not, the currents may be set too high, resulting in larger deviations in frequency or
distortion.

2245
Leaving out the crystal yields a relaxation oscillator. The frequency is now set by the currents
IB , capacitor C and the limiting voltage, which is here a VBE of a bipolar transistor. Actually, it
is IB/(4CVBE ). Square waveforms are obtained at the outputs but a triangular one across the
time setting capacitor C.
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Needless to say that this
frequency is not all that
accurate and very temper-
ature dependent.

Many such relaxation
oscillators have been built
and published. This is one
of the earlier ones.

Its main advantage is its
tunability by means of cur-
rent IB . This range is limited
however by the base cur-
rents of the emitter follower
transistors. Substituting
them by MOST source fol-
lowers allows a current and
hence a frequency range of
over 8 decades!

2246
A low-frequency oscillator is
easily built by means of an
opamp. An example is given
in this slide.

Without capacitors we
would have negative feed-
back and no oscillation.
However, at the frequency
fc , sufficient phase shift is
taken up by the RC circuit
to turn the negative feed-
back into positive feedback.
Barkhausen is satisfied pro-
vided there is sufficient gain
around the loop at this fre-
quency. The oscillation then

builds up with a frequency of about 1.7fc .
No amplitude limitation is shown. Two diodes could be added at the output to limit the

output swing.

2247
A well-known oscillator with an opamp is the Wien bridge oscillator, shown in this slide. It
consists of an opamp with a series and a parallel RC circuit around the feedback loop. Two
more resistors 3R1 and R1 ensure a voltage gain of about 3.
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From the expression of
the loop gain, it is clear that
this circuit will oscillate at
the frequency fosc . The atten-
uation of 1/3 is compensated
by the voltage gain of 3.
Moreover, the phase shift
around the loop is zero at
this frequency.

Again no amplitude
limitation is added. Two
diodes could again be added
at the output to limit the
output swing.

2248
The same Wien bridge oscil-
lator can be used to build a
Voltage Controlled Crystal
oscillator.

Obviously, this is a con-
tradiction. Normally, a crys-
tal oscillator is used to fix
the frequency with high
accuracy. A VCO on the
other hand is used to vary
the frequency over 20–30%.

However, sometimes, es-
pecially for timing purposes,
we want to set the crystal
frequency to an accurate
value which is slightly differ-

ent from the crystal frequency itself.
In this example, a resonator is used, which is similar to a crystal but with a lower Q factor,

to set the frequency at exactly 460,00 kHz. The resonator has only 457 kHz. How do we solve
this problem?

The resonator is part of the Wien bridge. The solution is therefore to add a parallel capacitance
to the resonator to detune it. The oscillation will obviously take place much closer to parallel
resonance than to series resonance. Changing the parallel capacitance is now an easy way to
slightly change the oscillation frequency.

In order to be able to tune the frequency in both directions, we have to be able to add a
capacitance DC, which can be both positive and negative. Moreover, we want to be able to
control this capacitance value with a voltage or current.
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2249
How to realize a capaci-
tance that can be varied by
means of a voltage or
current?

The Miller effect could be
used. An alternative is the
circuit in this slide. A differ-
entiator with components
Rd and Cd is inserted in a
feedback loop with a vari-
able Gm block. The input
admittance is easily calcu-
lated. It is capacitance Cd ,
multiplied by GmRd . This
factor is about 25 in this
example. With 4 pF for Cd ,

this allows a capacitance change DC of about 100 pF.
If Gm can now be made positive and negative, then we have a capacitance which is positive

and negative.
Current I2 will be used to control the transconductance Gm from positive, through zero to

negative values.

2250
To realize a transconduct-
ance Gm from positive to
negative values, a symmetri-
cal opamp is used, in which
the input stage is doubled.

Moreover, the two input
stages are cross-coupled.
When both input pairs have
the same biasing current,
nothing can come out. The
output currents cancel per-
fectly. If one current, for
example current I1 through
MI1, is larger than I2
through MI2, then the
differential pair MT1/MT2

provides a larger output current Io , which flows into the circuit.
If, on the other hand, current I2 is larger than I1 , than the output current changes polarity.

As a consequence we can obtain positive and negative output currents by allowing changes to
I2 with respect to I1 , as indicated in this slide.
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2251
The differentiator is made
differential. It is little more
than a pseudo-differential
pair, to which the resistor
Rd and capacitor Cd are
applied. With the values of
Rd and Cd as given, a time
constant is reached of about
160 ns, which is less than the
oscillation period of 348 ns.
The time constants in the
opamp itself are not negligi-
ble however, and the picture
is slightly more complicated.

2252
In this Chapter, the design
of oscillators is discussed.

Crystal oscillators have
been discussed in great
detail, followed by VCO’s

and even Wien bridge
oscillators. All of them obey
the Barkhausen criteria
however, which is the main
theory behind them.
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2253

2254
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2255
The complex plane is one
way to represent complex
numbers. After all, complex
numbers are numbers which
take up a position in a plane
rather than on a line. A
complex number always
contains two numbers. They
can be represented by
amplitude and phase, or by
Real and Imaginary part.

Impedances which con-
tain capacitors or inductors,
are also complex numbers.
Such impedances can now
be plotted versus frequency

in Bode diagrams. There is one Bode diagram for the amplitude (or magnitude) and one for
the phase.

Such impedance can also be plotted in the complex plane. It is now called a polar plot (in
Electronics) or a Cole-Cole plot (in Biochemistry). These curves can then be labeled in terms of
frequency, or any other parameter used.

To make the reader familiar with such polar plots, some simple examples are given.

2256
As a reminder to the reader,
the relationship is given
between amplitude and
phase on one hand, and the
Real and Imaginary part on
the other hand.

It is clear that complex
numbers are situated in a
plane. We always need two
numbers to know where
exactly they are.

We can choose however,
between amplitude and
phase or the Real and
Imaginary part!

For example, the complex
number (4,3) has a Real part of 4 and an Imaginary part of 3. Its amplitude is 5 and its phase
is 0.64 radians or about 37°.
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2257
A simple resistor R is just
one point on the Real axis.

A simple capacitor C is on
the negative part of the
Imaginary axis, depending
on the actual value of the
frequency. For a frequency
zero, it is infinitely far away
but for a frequency infinity,
it is in the zero of the axes.

A series combination of a
resistor R and a capacitor
C, is also a straight line, but
shifted over the Real axis by
an amount R. At the circular
frequency 1/RC, the point
( locus) is at 45° with respect
to the two axes.

2258
The same impedance can
also be plotted with resistor
R as a parameter, rather
than the frequency. A
different locus results.

It shares the same point
at frequency 1/RC but is
now a horizontal line
through this point. For zero
resistor, it is on the axis, but
obviously goes to infinity for
infinite resistor.
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2259
A parallel combination of a
resistor and a capacitor
gives an impedance which
yields a half circle in the
complex plane.

In the top one, the fre-
quency is used as a parame-
ter. For zero frequency, the
impedance of the capacitor
is infinite and thus disap-
pears from the picture. The
impedance is now just a
resistor R.

For infinite frequency, the
impedance is zero and there-
fore in the zero (or origin) of

the axes. At circle frequency 1/RC, the locus is at 45° with respect to the two axes, or at the
bottom of the circle.

If the resistor is taken as a parameter, a different half circle is described by the impedance.
They go through the same point at RCv=1. For zero resistor, the locus is at the origin of the
axes. For infinite resistor, we just have a capacitor, which is located on the Imaginary axis.

2260
Addition of a resistor r to
the parallel combination of
R and C, causes the half
circle to shift to the right,
over a distance r, at least if
the frequency is taken as a
parameter.

This is a well known polar
plot, as it is similar to the
input impedance of a bipo-
lar single-transistor ampli-
fier. It is also called the circle
diagram.

Measurement of the input
impedance versus frequency,
allows tracing a circle

through the data, which yields values for R, r and 1/RC.
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2261
In a similar way, addition of
a capacitor C2 to the paral-
lel combination of R and C1 ,
causes the half circle to shift
on the Imaginary axis, over
a distance C2 , at least if
the resistor is taken as a
parameter.

For a zero resistor, we
simply have capacitor C2
left. For an infinite resistor
however, both capacitances
are in series.

Again measurement of the
input impedance versus fre-
quency, allows tracing a

circle through the data, which yields values for R, C1 and C2 .

2262
The question now is, what
is the locus of the input
impedance Zc with gm as a
parameter?

The approximate expres-
sion is readily calculated
and given in this slide. Also
the values at zero and infi-
nite transconductance are
easily found.

The corresponding polar
diagram is given on the
next slide.
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2263
The polar plot of impedance
Zc with gm as a parameter,
is again a half circle. It is on
the left side of the Imaginary
axis however, because it
presents a negative Real
part.

For zero gm , we simply
have a combination of
the three capacitors. For
increasing gm , the half circle
is described until the locus
hits the imaginary axis
again, for infinite gm . The
capacitor is now only C3 ,
however.

The diameter of the circle is easily derived from its two extremities.
When used for an oscillator, only one point is of importance, i.e. point A. It is the point where

the negative Real part equals resistor Rs . The Imaginary Part ImA in point A then yields the
pulling factor p. It is about the same as the Imaginary part Im0 for zero gm . The line of constant
negative Rs is actually much closer to the Imaginary axis than sketched. Point A therefore nearly
lies on the Imaginary axis!

2264
In order to find the actual
value of gmA in point A, we
have to equate the Real part
of impedance Zc to the resis-
tor Rs itself.

For small values of R1 (=
R2 ) the transconductance
gmA will be small. It can then
be approximated as given in
this slide. It is in a frame as
it is the most basic expres-
sion of the required trans-
conductance of any single-
transistor amplifier. It
shows why RF oscillators
require a large amount of
current!

From the same expression of Zc , we can derive what is the expression of gmmax , which is
reached at the utmost left point of the circle. This is the point where the negative Real part is
maximum.
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Low-noise amplifiers
(LNA’s) are the first ampli-
fiers in receivers. They must
operate at the same high
frequencies as the carriers
themselves. For GSM,
CDMA, etc., these frequen-
cies are beyond 1 GHz,
reaching 5 GHz today. In
car electronics, frequencies
are reached beyond tens
of GHz.

Moreover, such an ampli-
fier must be able to handle
very small signals close to
the noise level and at the

same time very high signal levels, close to the transmitter antenna. Noise and distortion are both
of importance at the same time.

Finally, the reception antenna is usually connected to the amplifier over a transmission line,
usually with 50 V characteristic impedance.

Such an amplifier is full of compromises, despite its low count of transistors. Indeed, only a
few MOSTs are normally used.

In this Chapter, these compromises will be discussed. Design equations and guide lines will
be given and checked on their accuracy.

232
An example of such a
receiver is shown in this
slide.

The LNA is the first
amplifier. It is an RF ampli-
fier followed by a mixer,
which translates the modu-
lation content to low fre-
quencies. After some filter-
ing, this signal is then con-
verted in digital form,
towards a DSP.

The mixer needs a local
oscillator, which is normally
derived from a phase-locked
loop (PLL). In this feedback
loop a VCO generates a fre-

quency, which is locked to an external reference frequency Fref, after a divider by N.
It is clear that the LNA interacts with the antenna. This is why both the antenna output and

LNA input must show a characteristic impedance, to avoid reflections. This is discussed next.

711
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233
Two of the most important
characteristics of a LNA is
the noise performance
within the constraints of
impedance matching.

This is why they are dis-
cussed first.

Some attention is now
paid to the linearity of a
LNA, as large input signals
are as common as small
ones.

A comparison follows
between the most popular
configurations. The first has
an amplifier (Common-

Source Configuration) at the input whereas the second has a cascode (Common-Gate
Configuration).

MOST transistors can exhibit non-quasi-static behavior at high frequencies. We have to
investigate when this effect is important.

Finally, a large number of configurations are discussed, including components for electrostatic-
discharge protection.

234
A voltage wave traveling
along a transmission line
will be partially reflected at
the end of this line if the
termination impedance is
different from the line
impedance. This reflected or
unwanted signal is zero if
the termination is perfect.
Parameter s11 gives the
amount of reflected signal to
the input signal; it is there-
fore minus infinity.

This is only true if the
input impedance of the
LNA is exactly the same as

the characteristic impedance of the (transmission) line, which is usually 50 V.
For slight deviations, reflection occurs and s11 is not minus infinity any more. For example, if

the reflected signal is −3 dB compared to the sign l itself, then s11 is only about −10 dB.
Values of s11 up to −10 dB are acceptable for LNA’s, although higher values are preferred.
This impedance matching obviously applies to the antenna. An example is given in this slide

of an LNA with high input impedance (as for MOST) and antenna which exhibits about 50 V;



L ow-noise amplifiers 713

its s11 is −20 dB. It is clear that reflections will especially occur at the LNA input and less at
the antenna terminal.

235
If a transmission line with
characteristic impedance is
terminated in a resistor with
the same value, then a divi-
sion by two occurs.

This is shown in this slide.
A voltage source with value
vs has an internal resistance
R. It is matched by a trans-
mission line with load aR. It
now presents a resistance
aR to the voltage source.

For perfect matching the
load resistance equals the
source resistance and a= 1.
Usually, the load resistance

is somewhat different; a is larger or smaller.
In this case, what is the Noise Figure?
Both the signal power Sout and noise power Nout are readily calculated at the output.
The Noise Figure, which is defined as the ratio of the total noise at the output, divided by the

noise due only to the source resistance (see Chapter 4), is obtained as given in this slide.
For perfect impedance matching, a is unity and the Noise Figure is 2 or 3 dB.
This is a typical value for resistive terminations, as shown next.

236
If a single transistor is taken
as a LNA, to which a resis-
tor aR is added for proper
termination, then it is clear
that the only design parame-
ter left is the transconduct-
ance gm . Indeed, the Noise
Figure is given in two cases,
with perfect matching (a=
1) and without aR.

Matching (a=1) is
required to avoid reflec-
tions. The NF is higher,
however. If no matching
resistance is present (a=0),
then the NF can be higher.

Both conditions are plotted versus transconductance gm .
Deviations from the matching condition can give higher Noise Figures.
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237
Input impedance matching
and noise are not the only
concerns of a LNA.

For large input signal
amplitudes, distortion will
also occur. This is why this
aspect is discussed in detail.

A compromise will now
have to be taken. To have a
better feel for these compro-
mises, some attention is paid
to all other important
specifications.

For this purpose, the
schematic of a receiver has
to be looked at in detail. A

receiver in combination with a transmitter is a transceiver.
This is shown next.

238
A transceiver consists of a
receiver and a transmitter as
shown in this slide.

The input impedance
matching is important for
the LNA of the receiver for
several reasons. First of all,
reflections have to be
avoided over the transmis-
sion line between the chan-
nel (SAW) filter and the
LNA. Secondly, the LNA
must provide the right load
impedance to this channel
filter.

The input impedance of
the LNA must be as close as possible to the source resistance RS , which is usually 50 V. This is
called impedance matching.

Moreover, the equivalent input noise must also be as small as possible. After all, the LNA is
the first active amplification block. Going for the minimum Noise Figure is called noise matching.
This has nothing to do with impedance matching. In practice, noise will be reduced as much as
possible within the constraint of impedance matching.

The LNA leads to the mixer. Again a 50 V transmission line is used depending on the distance
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between LNA and mixer. If they are next to each other there is no need for a 50 V line. Higher
output impedances can now be used in the LNA.

Normally, a zero-IF or low-IF architecture is used. In any case, the LNA must have sufficient
gain to avoid the noise of the mixer to appear at the antenna. Gains of 12–16 dB are typical.

239
Let us take as an example,
a DCS-1800 receiver. It
operates at a carrier fre-
quency of 1.8 GHz.

Several sensitivities and
values of Noise Figures are
shown in this slide.
Remember that 1 dBm is 1
mW in 50 V, which corres-
ponds to 224 mVRMS . A sen-
sitivity is specified of
−100 dBm for an input
SNR of 9 dB. The input
noise must be at−109 dBm.

The bandwidth is
200 kHz. The Noise Figure

is 12 dB. If 3 dB loss is taken into account for the channel filter, then a Noise Figure of 9 dB is
required.

Let us now try to find out about the distortion.
Distortion is important to avoid leakage from one channel to the adjacent channels. Especially

intermodulation and cross-modulation distortion are to be avoided. Both are described by the
3rd-order intermodulation intercept (IIP3) as shown in Chapter 18.

A minimum input signal is taken 3 dB higher than the sensitivity specifies. For a high input
signal at −49 dBm, the SNR must still be 9 dB.

The distortion specification now leads to a IIP3 of −20.5 dBm.
Again, to take into account the attenuation in the preceding channel filter, 3 dB has to be

subtracted, leading to an IIP3 of −23.5 dBm.
Normally, MOST amplifiers can easily satisfy such a specification, depending on the choice

of the VGS−VT .
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2310
The expression of the cur-
rent IDS of a MOST has to
be taken for high VGS−VT .
This means that the fitting
parameter H must be added
to model the linearization of
the IDS−VGS characteristic,
as a result of mainly velocity
saturation.

The second and third
derivatives of this expres-
sions give rise to the IM2
and IM3 intermodulation
expressions. From the latter
one the IIP3 is readily
derived.

The IIP3 depends to a large extent on the choice of the VGS−VT , as shown next.

2311
The IIP3 is plotted versus
the value of VGS−VT
for different CMOS tech-
nologies.

It is clear that the higher
the VGS−VT , the higher the
IIP3 is but in a nonlinear
way.

It is also clear that for a
VGS−VT of 0.5 V, 15 dBm
IIP3 is readily available,
independently of the
technology.

At VGS−VT of 0.2 V, the
older CMOS technology
provides the best IIP3. This

is a result of the ever stronger effect of velocity saturation (parameter H) in deeper submicron
technologies.
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2312
Now that the input imped-
ance matching, the Noise
Figure and IIP3 have been
introduced, they all have to
be derived for various cir-
cuit configuration.

At these high frequencies,
only simple circuits can be
used. A single transistor
amplifier is used more often,
followed by a cascode
amplifier. This is why they
are discussed first.

2313
A single-MOST amplifier is
shown in this slide. Its
equivalent input noise volt-
age source is added.

A series inductor LG is
added to tune out the effect
of the input capacitance
CGS . This inductor has been
selected so that the operat-
ing frequency vin fulfills the
expression labeled 1. This is
the first design equation.

At this frequency fin , the
ratio of Gate voltage vin to
the signal voltage vs is read-
ily calculated as given in
this slide.

It is clear that some gain can easily be realized, provided the input capacitance CGS is
sufficiently small (for a given standard R), or the added inductance LG sufficiently large. This is
the second design equation.

Note that, the input capacitance CGS is effectively tuned out such that the input impedance
Zin is ideally zero.
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2314
The single-MOST amplifier
is shown again in this slide.
Its equivalent input noise
voltage source vMOST is
added.

The Noise Figure is now
readily calculated. It can be
rewritten in terms of the sev-
eral parameters involved.

The last expression shows
that for low NF the fT of the
MOST must be made high.
This means that, first of all,
the MOST must be selected
and then the corresponding
inductor LG . For high fT the

channel length must be as small as possible and its VGS−VT high (see Chapter 1).
The Noise Figure is determined by this choice. This is the third design equation. No additional

independent design parameters are present.

2315
An inductor can also be
added in the Source as
shown in this slide.

This gives rise to a reduc-
tion of the transconductance
and an increase in output
resistance.

The input impedance
however, shows a real part
LSvT and an imaginary part.
The real part can be used
to tune the input resistance
to the source resistance R (of
usually 50 V) as shown next.
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2316
The matching of the input
impedance to the source
resistor R (usually 50 V)
is not carried out with a
resistor because it kills the
Noise Figure. Normally,
two inductances are used,
one in the Source LS and
one in the Gate LG . The
latter one LG is usually the
bonding wire.

Both of them are used to
tune out the input capaci-
tance CGS , as indicated by
the equation number one.
This occurs only around
the operating frequency fin
(=vin/2p).

Under this condition, the input impedance is purely resistive and equal to vTLS which is made
equal to R. This is the design equation number two.

For a given transistor (CGS and vT , which is gm/2pCGS ) and a given frequency fin , both LS
and LG are now determined.

How much is the gain, and the Noise Figure?

2317
Several gains are readily cal-
culated. The transistor
model only includes the gm
and CGS ; the output resis-
tance rDS is usually a lot
larger than RL and can
therefore be neglected.

In this case, and remem-
bering the two matching
conditions, the current gain
is readily calculated. Also,
the voltage gain is easily
derived.

The power gain is the pro-
duct of both. It contains the
vT squared. A transistor

must now be taken with high vT . This means that its channel length L must be made as small
as possible and its VGS−VT high (see Chapter 1).
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2318
Note that the voltage gain
Gv is different whether an
inductor LS is inserted in the
Source or not.

Without this inductor (on
the left) the input impedance
is zero. The input imped-
ance is not matched to the
antenna.

With this inductor (on the
right), the input impedance
is purely resistive and equal
to R (or 50 V). As a result,
there is a division by two at
the input such that the volt-
age gain is a factor of two
smaller.

2319
The Noise Figure NF is
defined as in Chapter 4.

The equivalent input
noise of the input transistor
is as given in this slide. The
term 2/3 has been left out to
take into account that this
MOST is probably operat-
ing close to velocity satura-
tion where its thermal noise
is probably larger. It may
help somewhat to lower the
Drain-Source voltage to
avoid velocity saturation.

The noise of the load RL
is neglected.

Under the two matching conditions, the NF can then be rewritten as given in this slide.
It is striking that the NF decreaes for larger values of vT , but not for larger gm . Parameter

vT is therefore clearly the dominant transistor parameter.
Also, note that the NF is quite low at lower frequencies, but increases versus frequency. At

the highest frequencies of interest the NF may not be all that attractive.
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2320
The 3rd-order intermodula-
tion intercept point IIP3 can
be calculated using the
simple model of Chapter 1,
in which fitting parameter h
is used (or H).

Because of the two deriva-
tives to be taken, the expres-
sion is quite evolved.

A plot is given of the IIP3
versus the transistor current
IDS and its VGS−VT . It is
striking to see that the value
of VGS−VT is not all that
important. The only real
important parameter is the

DC current IDS . The higher the current, the higher the IIP3.

2321
Instead of an amplifier, a
cascode can be taken as
well. Its advantage is that its
input impedance is resistive
up to high frequencies and
can be set by the current.
Indeed, it is the inverse
transconductance.

However, a closer look
reveals that several other
factors come in such as the
parameter n (#1+gmB/gm ),
and the output resistance
rDS . They render the input
resistance much less
accurate.



722 Chapter #23

2322
If the LNA is matched, i.e.
if R#1/gm , then it is easily
found that the current gain
is unity and the voltage and
power gain are as given in
this slide. It shows that the
load resistor RL is much (up
to ten times) larger than R.

The Noise Figure is also
easily derived. It is given in
this slide provided the gain
is large enough to neglect
the noise from RL .

Note that this expression
yields a NF of 2 or 3 dB
under matched conditions.

This value is rather high but is independent of frequency.
For very high frequencies this NF may even be better than for an amplifier configuration, as

shown next.
The linearity is always better than for an amplifier configuration because this stage is actually

current driven.

2323
For sake of comparison,
the Noise Figure is given
for three different currents
versus frequency for a stan-
dard 0.13 mm CMOS tech-
nology.

In addition, a FOM is
added as described in this
slide.

The amplifier (Common-
Gate) configuration shows a
NF which deteriorates when
the frequency increases,
which is not true for the cas-
code (Common Gate). For a
small current (5 mA), the
cascode performs better

than the amplifier from about 12 GHz. This is about fT/2 however, and may not be so useful.
The FOM of an amplifier is always higher than for a cascode.
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2324
As LNA’s reach high fre-
quencies, up to fT/2, some
other phenomena show up.
In addition to distributed
capacitors, both to the sub-
strate as between parallel
lines, the distributed nature
of the channel of a MOST
starts playing as well.

This is explained next.

2325
In a classical quasi-static
model of a MOST, we
assume that any change in
Gate voltage is followed by
an instantaneous change in
channel charge. In practice,
there is some delay, how-
ever. To change the charge
in the channel, or in the
inversion layer, carriers
must be drawn from Source
and Drain, which takes
time.

In order to model this
time delay to a first degree,
a low-pass filter is added at

the Gate. It is realized by addition of a resistor RNQS , which forms a low-pass filter with input
capacitance CGS .

The value of this resistor RNQS must be about 1/5gm (see Chapter 1, Tsividis 1987).
Clearly, this effect is important for really high frequencies, higher than fT/5. LNA’s and VCO’s

operate up to frequencies of fT/3, however. This effect must now be taken into account if precise
predictions are important.

Also, if an inductor is added in series with the Gate, then the effect of this resistor is even
more important.
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2326
This additional resistance
RNQS in series with the Gate
deteriorates the NF as
shown in this slide. As a
resistance 1/5gm is taken.

It is a single-MOST
amplifier with only a Gate
inductor.

Several terms have to be
added to the Noise Figure.
The most important one is
the term which is squared.

Note that the input
impedance is no more zero
but equal to this resistance
RNQS .

2327
When two inductors are
used, the addition of the
NQS resistor influences the
matching equations. The
first one (on top right) is
about the tuning out of
capacitor CGS , and is the
same as before.

The second one however,
includes RNQS , such that a
smaller value of LS is
obtained.

The Noise Figure will be
worse, as an additional
resistor RNQS is present in
series with the Gate of the

amplifier. In its simplest approximation, the RNQS simply has to be added to source resistor R.
The most important addition however, is the factor which is squared.
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2328
This LNA can now be fur-
ther optimized, taking into
account this RNQS . First of
all this RNQS is substituted
by 1/5gm . Then the opti-
mum value of R can be
found, as a function of gm .

The value of R is slightly
higher than 50 V but the NF
is lower than before.

2329
Further optimization shows
that now the transistor size
has to be adapted as well,
giving a different value for
CGS .

The expression of the NF
has now become very simple
now. It is the lowest value
possible.

It is obvious that lower
values of NF can only be
obtained, provided higher
gm values are obtained, and
hence more power.

A plot of this expression
is also given.

The larger the transconductance, the lower the NF.
For 1 dB Noise Figure, about 33 mS transconductance is required.
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2330
This optimization illustrates
the compromises to be
taken.

For a constant load resis-
tor RL , the gain is given for
different currents, causing at
the same time, deviations for
the ideal input matching
conditions.

For a 50 V input resis-
tance, the s11 is zero. The
gain then increases with
the current.

Taking a slightly smaller
input resistance however,
increases the s11 to −12 dB

but gives about 2 dB more gain.
This is clearly advantageous provided some reflection (−12 dB s11 ) can be allowed.

2331
Now that the design equa-
tions have been identified
for low-noise LNA’s, taking
into account Non-quasi-
static effects, we focus on
some realizations.

It is clear that the config-
urations only differ a small
amount. The transistor sizes
and currents however, are
largely different depending
on the frequencies. Also, the
sizes of the inductors which
are added, can be very
different.
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2332
Our overview starts with a
very simple LNA.A cascode
is used to improve the isola-
tion between output and
input. This is especially
required to avoid leakage
from the next block, which
is usually a mixer, to the
input of the LNA.

In order to avoid noise
coming from the cascode, its
DC current is reduced.
A current source with
pMOST, provides some of
the DC current to the input
transistor. In this way, the

contribution of the noise of the load devices can be reduced somewhat.
At the input, the bond-wire is shown. It is used to tune out the effect of the input MOST

capacitance and of the bonding pad capacitance.

2333
This LNA consists of two
equal stages.

The input transistors M1
and M2 are connected as a
common CMOS inverter
amplifier. Both of them con-
tribute to the transconduct-
ance. The current in the
nMOST is now reused in
the pMOST.

However, the biasing cur-
rent of a CMOS inverter
amplifier heavily depends
on the supply voltage. This
problem is solved here by a
biasing block consisting of

transistors M3-M7. This block provides DC feedback such that the DC output voltage equals
VB1 for the first LNA. It is fully decoupled from the AC operation by means of two decoupling
capacitors CB and CX .

At the input a matching network NS is provided.
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2334
Current reuse can also be
effectuated in another way.

If a two-stage amplifier is
required, or an amplifier fol-
lowed by a source follower,
then current is used twice,
as shown on the right.

However, a judicious set
of capacitors allows limiting
the current to just one single
path. This is shown on the
left.

Transistor M1 sees a
signal ground at its Source.
Its output is coupled to the
Source follower underneath.

The same technique is used three times in the following LNA.

2335
In this LNA, three input
nMOSTs M11-M13 are
placed in parallel to increase
the transconductance. They
all share the same DC cur-
rent, however. The outputs
are placed in parallel two by
two and applied to a second
stage with transistors M21–
M22. The same method is
then applied in the second
stage. Their two outputs are
put in parallel again and
applied to a third amplifier
stage with transistor M31,
which provides the output

voltage through cascode transistor M4.
The DC biasing is applied by means of current mirrors M5 and M13, M23 and M32.
The transistor sizes, currents and resistors are all given in this slide. The resulting specifications

are given next.
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2336
The actual gain is 14.8 dB,
which is relatively high. The
NF is quite reasonable for
this power consumption.

The layout shows the
large area taken up by the
decoupling capacitance. As
this LNA has a single-ended
input, it easily picks up noise
from the ground and supply
lines. A decoupling capaci-
tance at the supply line is
therefore mandatory.

2337
The measurements show
that the gain and reverse
isolation are quite good
indeed.

The bandwidth is less
than expected, 700 MHz
instead of 900 MHz.
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2338
The IIP3 and Noise Figure
are shown.

For the IIP3 the gain is
measured and the 3rd-order
intermodulation distortion.
The extrapolated curves
meet at an input signal level
of about −4.7 dBm. This is
a normal value for a MOST
input, which has a VGS−VT
of only 0.22 V.

The Noise Figure is not
that flat but is never much
higher than 3 dB up to
900 MHz.

In this LNA, the ESD
protection is not part of the design procedure. A better approach is given next.

2339
This LNA is matched to

50 Ohms at both input and
output. The supply voltage
is 1.5 V. At the input, it is
an amplifier using inductive
source degeneration for
input matching. The source
inductor Ls is implemented
as two parallel bonding
wires. It also uses a cascode
transistor.

At the input, Lg is the
input bonding wire which
serves as the inductor for
input resonance. To the
right of that we have the

input bonding pad which has been especially designed, as will be explained further. It basically
consists of only the top metal layer. The bottom metal layer serves to shield the pad from the
substrate and increase its Quality factor. After that we have the ESD-protection diodes. The
upper diode conducts the ESD-charge in case of a positive pulse vs. VDD . The lower diode
operates in case of a negative pulse vs. ground.

The output features a load inductor Ld with its series resistance, Rs . This inductor is imple-
mented on-chip and has a patterned ground shield beneath to shield it from the substrate. The
50 Ohms output is ensured through the use of a capacitive divider made up of C1 and C2 . The
output bonding pad also takes part in the matching as it is just in parallel to C2 . Also, this
bonding pad has been shielded from the substrate in order to increase coupling through the
substrate which would degrade the reverse isolation. It also ensures a fixed and known value for
the pad capacitance.



L ow-noise amplifiers 731

2340
This is a microphotograph
of the LNA.

The input and the output
are easily recognized.

Also, the protection
diodes and the transistors
are visible.

Finally, the load inductor
and C1 and C2 , the capaci-
tive divider can be found.

These large objects on the
left are the decoupling
capacitors.

2341
The Noise Figure of the

LNA was measured using
a noise figure analyzer.
This measurement was per-
formed while the LNA was
operating in its nominal
9 mW (at 1.5 V supply volt-
age) regime.

The Noise Figure of the
LNA reaches a minimum of
0.79 dB at the frequency of
operation. The NF stays
below 1 dB for a bandwidth
of about 130 MHz and stays
below 2 dB for more than
400 MHz around the work-
ing frequency.
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2342
Further measurements of
the noise figure were per-
formed in different power
regimes. The bottom curve
is the curve shown on the
previous slide. The next
curve when going up is mea-
sured when reducing the
bias current to 3mA. The
Noise Figure here reaches a
minimum of 1 dB. Above
that we have the Noise
Figure for the LNA while
drawing 2 mA from a 1 V
supply. The minimum is
now 1.2 dB. The final curve

was measured drawing 1 mA from a 1 V supply, i.e. consuming only 1 mW. The minimum noise
figure is 1.9 dB.

Note, however, that the input matching conditions are no longer fulfilled in the last three
measurements.

2343
Finally, the linearity per-

formance of the LNA was
measured. The signal power
of the first-order output and
the third-order intermodu-
lation products are plotted
vs. the input power. Linear
regression shows an input
referred IP3 of −10.8 dBm.
Although linearity is not
always that important, this
value would be sufficient for
the very stringent linearity
specification of the GSM
system.

The −1 dB compression
point is measured to be at
−24 dBm.
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